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A Self-Adjusting Sinusoidal Power Source
Suitable for Driving Capacitive Loads

Shmuel (Sam) Ben-Yaakov, Member, IEEE, and Mor Mordechai Peretz

Abstract—A new self-adjusting current-fed push—pull parallel
inverter (SA—CFPPRI) is presented and tested by simulation and
experimentally. The power source includes a soft switching con-
trol circuitry and a controllable inductor. The SA-CFPPRI can
drive a capacitive load at any frequency within the design range.
It will maintain zero voltage switching of the main transistors and
follow the input frequency signal even when the resonant elements
and/or the load vary. Possible range of applications for the pro-
posed power source is: piezoelectric transformers and motors, ac
bus for a distributed power system and other loads that need to
be fed by a sinusoidal waveform. The experimental results of the
laboratory unit (160 Vrms at 93 kHz and nominal output power of
5 W) verify the analytical analysis and proposed design procedure.

Index Terms—Phase comparator, push—pull parallel resonant in-
verter (PPPRI), sinusoidal power source, variable inductor.

I. INTRODUCTION

HE favorable drive signal for a number of capacitive loads
Tis a sinusoidal waveform. For example, piezoelectric de-
vices and in particular piezoelectric motors need to be driven by
a high frequency sinusoidal waveform [1]-[6]. This is required
since the optimal performance is obtained when the drive is of
low harmonics contents.

Capacitive loads pose a number of non-trivial power
electronics design problems. The major one being the reactive
current that may reduce dramatically the efficiency if it is
allowed to pass through the power switches. Another problem
is the need to accommodate load changes (both the active
and reactive parts) without affecting the amplitude, waveform
and efficiency of the power driver. The current-fed push—pull
resonant inverter (CFPPRI) [7] was shown earlier to be a useful
topology for driving capacitive load [5]. However, the basic
CFPPRI suffers from a number of drawbacks that will reduce
the efficiency and increase distortion if the load capacitance or
operating frequency is non-constant. In this study, we explored
the possibility of converting the CFPPRI into a self-adjusting
system that will accommodate load capacitance changes and
frequency shifts without increasing the losses or distorting the
waveform fed to the load.
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OSCILLATOR + DRIVERS

Fig. 1. Basic configuration of the CFPPRI loaded by a capacitive load.

II. CURRENT-FED PUSH-PULL PARALLEL
RESONANT INVERTER (CFPPRI)

The basic CFPPRI topology (Fig. 1) includes a push—pull
stage with two transistors (Q1, @Q2) driving a parallel resonant
network and fed by a series inductor Lj;,,. The load (capacitive
in this case) is fed via a secondary winding that allows for am-
plitude adjustment by the turns ratio (ns/2n1). The resonant
frequency ( f;) of the parallel resonant network will be

1
" 21/L,Cs

where Ly, is the secondary inductance and C'y, is the total ca-
pacitance reflected to the secondary (Cy(n2/2n1)? 4+ Co+CL).

When the gate drive frequency of the CFPPRI, f, matches the
resonant frequency, f;, the transistors will operate under zero
voltage switching (ZVS) conditions [Fig. 2(a)] and in this case
the reactive current of the equivalent resonant network will not
pass through the switches. This is the most desirable case. If the
frequency of the gate drives is lower than the resonant frequency
[Fig. 2(b)], the operation will include a “Boost” period in which
one transistor and one antiparallel diode are carrying the in-
ductor current [8], [9]. This will cause distortion in the output
voltage and will increase the conduction losses. If the gate drive
frequency is higher than the resonant frequency [Fig. 2(c)], the
operation will be under hard switching conditions. This will
cause distortion of the load signal and will introduce switching
losses. In many practical applications, an exact matching of the
resonant elements to the gate drive frequency (and the desired
output frequency) is not possible. Interconnecting cable capaci-
tances, tolerances of the passive components and the variability
of the load capacitance will cause the CFPPRI stage to operate
in one of the mismatched modes, which would be highly unde-
sirable in some applications such as piezoelectric motors.

The sensitivity of the CFPPRI to deviation of the drive
frequency from the resonant frequency can be remedied by
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Fig.2. Gate voltages (Vs ), drain voltages (Vp ) and tap voltage (Viap ) when
the gate-drive frequency matches (a) the resonant frequency, and (b) when it is
lower or (c) higher than the resonant frequency.
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Fig. 3. Soft switching controller (SSC) for a CFPPRI.

locking the drive frequency to the resonant frequency. That
is, to make the gate drive frequency equal to the resonant
frequency. This converts, in fact, the operation from a driven
to a self-driven CFPPRI configuration [7] except that an active
driver is included and an active comparator is used to detect
the zero crossing (Fig. 3). This soft switching control (SSC)
method is employed in commercial controllers/drivers (e.g.,
UC3872 by Texas Instruments) that include all the associated
circuitry—such as a starting and protection circuitries.
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Fig. 4. (a) Variable inductor and (b) its schematics symbol.

Fp U o,
Ves1

[aztj UL
D1D2] | {Ves2

s |
ssc

= 1

Fig. 5. Basic configuration of the SA-CFPPRI.

The SSC ensures ZVS even if the inductance and total capaci-
tance of the resonant network are non-constant since it forces the
gate drive frequency to match the resonant frequency. However,
if the load needs to be driven at a predetermined frequency, the
SSC solution, by itself, is not sufficient. This deficiency is solved
in proposed approach by applying a variable inductor [10], [11].

III. SELF-ADJUSTING CFPPRI (SA-CFPPRI)

By including both a SSC and a variable inductor, the CFPPRI
can be made to operate at a desired switching frequency and
at the same time maintain ZVS. The variable high frequency
inductor presented earlier [10] is based on an F core with a
gapped center leg and bias windings on the non-gapped side
legs (Fig. 4). The self-adjusting operation is achieved by in-
cluding into the CFPPRI the variable inductor and introducing
a buck type converter, for feeding the bias windings. Frequency
tracking is accomplished by closing the loop on a phase com-
parator that generates an error signal as function of a phase mis-
match between the desired frequency and the SA-CFPPRI fre-
quency (Fig. 5).

The bias drive of the SA—CFPPRI is designed as a closed
feedback loop configuration to maintain a forced current con-
trol. This is required to reduce the order of the outer feedback
loop. The simplified block diagram of the SA—CFPPRI (Fig. 6)
includes, therefore, two feedback loops: an inner current loop
and an outer phase loop.

Starting from left side, K, represents the gain of the phase
comparator while the blocks “Int1” and “Int2,” stand for the
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Fig. 6. Simplified control block diagram of proposed SA-CFPPRI.

(b)

Fig. 7. Current feedback circuitry including the current transformer: (a) large
signal and (b) small signal.

integration operation that transfers frequency into phase. Hj is
the phase comparator’s output filter designed to be of the lag-
lead type (Fig. 5). G; and G5 are the gains of the summing
amplifier A;. Ky (Fig. 6) is the transfer ratio of the modulator
(error signal to duty cycle). B is the transfer function of the
Buck converter (duty cycle to current). 7 is the transfer ratio of
the pulse transformer and H» is the pulse transformer filter. Hp,
is the relationship between the bias current and the inductance
of the bias winding n3 of Ty (Fig. 5). And finally, K} is the
response of the tank to the bias current (the ratio of resonant
frequency to bias current).

When considering the low frequency response of the system,
Kp,G1,Ga, Ky, Hy, and K (Fig. 6) can be assumed to be fast
responding as compared to H; (response of phase comparator
filter) and B (Buck converter) [12]. Without current feedback
around the Buck converter, the system will be of a second order
form and therefore hard to stabilize. This is because the transfer
function from error signal to inductor current is expected to be
a first order system and when in series with integrator (Int2,
Fig. 6) the loop gain of the system will be of the second order
form. Current feedback is implemented [Fig. 7(a)] by sensing
the switch current of the buck converter with a current trans-
former, filtering the signal by an R—C' network and feeding the
signal back to the summing amplifier Al (Figs. 5 and 6). The
bias inductor current can be expressed as

DV,
5Ly

2)

Ibias =
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[T 1)

where “s” is the Laplace operator, Ly, is the bias inductor
value for a given operating condition and D is the duty cycle of
the buck converter. After linearization, the small signal transfer
function between duty cycle and the inductor current b(s), is
expressed as

Z'bias ‘/1
bs) = e

= 3
SLbQ ( )
where i}, is the small signal inductor current and d is the duty
cycle perturbation.
Since the current is sensed at the switch branch (Fig. 5),
the average current feedback signal Iy(,,) can be expressed as

[Fig. 7(a)]

_ DIbias

n

It(av)

“

where n = ny/n; is the turns ratio of the current transformer.
Applying, once again, linearization around the operating point
(denoted by the subscript 0) we find the expression for the small
signal average feedback current (i¢(av))

_ dlyiaso

n n

hias Do
+ .

ir(av)

(&)

Hence, the small signal equivalent circuit of the current
sensing circuitry (7" and B in Fig. 6) can be represented by
Fig. 7(b). The voltage feedback signal vcr that will develop at
the output of the current sense filter will thus be

o . Do R4
UCF(S) - |:d " + bias " } sC11Ria + 1 . (6)
Combining (3) and (6) yields
Iy Vin Do Ry
=|d—+d — . 7
UCF(S) |: n + SLb() n :| 8011R14 + 1 ( )

Consequently, the transfer function vc to d, [¢f(s)] can now
be expressed as

_wecr, | W
ef(s) = " (5) = [L}
R14

DoRy4 Lyolo
X s +1| ———
n ‘/inDO 8011R14 + 1
It should be noted that this equation combined the effect of
B (the Buck converter), (1" the pulse transformer), and H> (the
pulse transformer filter) (Fig. 6).

For a given nominal operating point, one can design the feed-
back as a frequency independent gain by pole zero cancellation

}. ®)

5 Lol _ R4
VinDo sC11Rygs+ 17
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Isolating C11, yields the flat filter transfer function criterion

Lol

Cii= ———.
" ViaDoRy4

(10)

Note that the resistor K14 also controls the total gain of the
block. Once R4 is chosen, C1; value can be selected according
to (10).

Taking into account G5 (error amplifier gain) and K; (mod-
ulator’s transfer ratio) (Fig. 6), the closed loop transfer function
of the Buck converter from the output of Hy,v¢ (Fig. 6) to the
bias current ipias, Acr_cL(s) is:

_ ibias _ GIKMb
Vs 1+ Gy Kyef

Acr_cL(s) (11)
where K1, b, G2 are the current loop transfer functions and G;
is the error amplifier gain (Fig. 6) [12].

Inserting (8) into (11) one gets

Acr_cL(s)
G1Kumb
- DoRLK 1 LMI 1 12
14 S5 Gob [SV—D + 1} ey Ives)
And for the case of the pole-zero cancellation (10)
G1Kwumb
Acr_cL(s) = LM (13)

C 140Gy Ky 2ol

Applying (3) and selecting G; to be equals to G5, (13) re-
duces to a first order system with a bandwidth of wct,

Acro
A §) = ——— 14
cr_cr(s) T+ s/wgy (14)
where
n
A = —
= R
DoR14y Vin
wer = Ga Ky On = T

Equation (14) implies that for the frequency range w < wcr,,
the current feedback has transformed the buck converter (from
error signal to bias current) from a first order system to a zero
order system. If the parameters of (13) are chosen such that the
bandwidth wcy, of the current converter is larger than the band-
width of the overall system then the closed loop response of the
system fg/ fin, Apr-c1(s), can be expressed as

Is 1 App

A = = 15
pr_cL(s) Fin (s) s 1+ BppApp (15)
where

Apr = Kph1Acr_cL K Hy

1
Per = -

S
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Fig. 8. Phase comparator output filter.

After some manipulation the closed loop transfer function of the
system can be shown as a first order system of bandwidth wy

1

RSy (10

Aprp_cL(s)

where

wo = K h1Acr_cLKeHr.

The parameters h; and Acp_cL in above expressions stand
for the transfer functions of the phase comparator output filter,
H,, and the current feedback closed loop, ipias/vs (Fig. 6) at
frequencies close to wg. The filter, H1, is designed to be a lag-
lead network (Fig. 8) [12] and the zero is placed to be below wy.
Consequently, hq will be flat at frequencies around wyg

Rinl (SCIR2 + 1) w=wq &

h =
1(5) Ri+ Rin; sCiRr+1 — Ry

7)

where Ry, is input resistance of the summing amplifier A; of
Fig. 5. Ry, Ry, C are the filter network components (Fig. 8)
and RT = R1||Rin1.

IV. SIMULATION AND EXPERIMENTAL RESULTS

A prototype SA-CFPPRI was designed, simulated, built and
tested experimentally (a detailed circuit diagram is given in
Fig. 9). The simulation was carried out on a SPICE compat-
ible behavioral model of the system using PSPICE/ORCAD
(Cadence, USA) (Evaluation version 9.2). The modeling ap-
proach [12] was to describe the non-linear subsystems by
large-signal dependent sources that emulate the functional
relationships of the elements.

The target parameters of the experimental units were:
Input voltage: 11 VDC; Output voltage: V., = 160 Vrms;
Nominal output power: 5 W; Load capacitance range: C, =
1.1 nF-9.1 nF; Frequency range: fi, = 80 kHz-150 kHz.

Transformer characteristics were: Core type: ETD29; Magne-
tizing inductance (secondary side): L,, =1.5 mH; Turns ratio:
no : n11 = N9 : n1z = 3:20;n3 = 80 turns. The inner cur-
rent loop was designed to have a bandwidth of 6 kHz. The over
all closed loop response of the system was designed to have a
bandwidth of about 3 kHz with a nominal output capacitance of
2.1 nF at a carrier frequency of 93 kHz.

Typical waveforms of the experimental unit are given in
Fig. 10. The operational range of the prototype is summarized
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Fig. 11. Measured bias current as a function of operating frequency for various
load capacitances of experimental unit.

in Fig. 11. The experimentally measured bias currents and their
corresponding calculated inductances are given in Fig. 12. The
closed loop response of the system was measured and cross
checked by simulation for two cases: (a) ac response fg / fin
(Fig. 13) and (b) step response (Figs. 14 and 15). A very good
agreement was obtained between the simulation results and the
laboratory measurements.

The efficiency of the experimental unit (taking into account
the total input power to power stage and control section) was
found to be about 67% when the inductors bias current was low
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v
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Fig. 13. (a) Calculated and (b) measured overall closed loop response
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Fig. 14. Measured response of experimental unit to a step in input frequency
around 93 KHz (with output capacitance of 2.1 nF). (a) Modulating signal.
(b) Output frequency change (1.56 kHz/div). (c¢) Error signal at the output
of phase comparator filter (H;) of Fig. 5 (20.5 mV/div). Horizontal scale:
1 ms/div. (b) was measured the frequency jitter (Jfreq) feature of the Lecroy
WaveRunner digital oscilloscope.
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Fig. 15. Simulated response of experimental unit to a step in input frequency
around 93 KHz (with output capacitance of 2.1 nF): (a) modulating signal,
(b) output frequency change, and (c) error signal at the output of phase com-
parator filter (H ;) of Fig. 5.

and about 52% when the variable inductor was forced to its min-
imum value (highest bias current).

V. CONCLUSION

The proposed SA-CFPPRI was shown to be able to drive vari-
able capacitive loads under ZVS for any drive frequency (within
the operation range of the design). For a variable inductor that
can be controlled over some m: 1 ratio, the range of allowed load
capacitor variation that the SA-CFPRRI will accommodate is
also about m:1. It is expected that the system should be able
to drive inductive loads as long as the variable inductor can be
controlled to keep the tank in resonance for the given drive fre-
quency. Amplitude control can be easily incorporated by an-
other Buck stage that will feed the input series inductor. The
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operating frequency range of the system can be adjusted by se-
lecting the nominal value for the variable inductor.

The reactive power of the system, circulating in the tank (but
not passed by the transistors) is a function of the quality factor )
of the system that is, ws L/ Ry,. For proper operation, () should
be relatively high (@ > 5). It implies that this approach is per-
haps limited to low up to medium power (hundreds of Watts) and
may not be practical to high power applications due to the very
high currents that need to be handled by the tank. This is espe-
cially true for high operating frequency because the size of high
frequency high current inductor will be large given the available
core materials. This situation, however, is not different from that
of any other resonant inverter.

A possible application of proposed SA—CFPPRI includes
drivers for piezoelectric motors. The advantages of using
SA-CFPPRI in this case are: the generation of a sinusoidal
wave with low distortion, the ability to compensate for device
capacitance changes and interconnecting cables capacitances,
and the relatively high efficiency. The latter is due to the
fact that the resonant current is locked at the secondary and
does not pass through the switches, and the fact that ZVS is
automatically maintained. The over all efficiency measured for
the experiment system is modest but is maintained constant
over the whole frequency range. Without a self adjusting,
controllable inductor, reasonable efficiency can be obtained at
one frequency only—the frequency that matches the resonant
frequency of the fixed inductor. At high frequencies, when the
bias current needs to be high so as to lower the inductance, the
efficiency is expected (and was measured) to drop due to in-
creased losses of the bias section. The losses include two parts:
copper losses of the bias winding and Buck converter losses.
The relatively low efficiency that was observed at large bias
currents is evidently due to converter losses. These can possibly
be improved by a better design of the bias Buck converter. In
particular, synchronous rectification and soft switching could
be beneficial (see Appendix for a detailed design considerations
and losses estimation of the bias section).

Another benefit of the SA-CFPPRI as a piezoelectric motor
driver is the compatibility with optimizing control schemes. For
example, by adding a frequency sweep arrangement one can
lock to the optimal frequency in terms of efficiency, torque, or
speed.

The proposed approach that is based on the variable inductor
and the SSC circuitry could be useful in other applications, such
as for driving an ac distributed system bus or driving resistive
loads (e.g., fluorescent lamp) when the drive frequency needs to
be constant or controlled.

APPENDIX
POWER STAGE DESIGN CONSIDERATIONS

The following procedure is suggested for practical CFPPRI
design. The proposed design approach is demonstrated by con-
sidering the following set of specifications. The solution for
other design constraints, such as adjustable input/output voltage
or changes in the load power, can be derived by following the
same rationale.

a) Load specifications: Output power (Pr), rms output

voltage (Vout_rms), nominal frequency (f1,), the range
of frequency change(fr_min — fL_max), the nominal
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capacitance of the load (CL) and the expected range of
load capacitance (C1,_min — CL_max)-
b) Input voltage (dc) (Vin).

A. Magnetizing Inductance (Secondary Side), L,

Calculate the maximal (initial) inductance value (zero bias
current), Ly, max, for the extreme operating point (minimal
operating frequency, fr._min, and lowest load capacitance,
CL_min)

1
5 .
4 fE_ minCZ_ min
In most practical cases, the range of inductance change, of

controlled inductor (Fig. 4), is approximately 1:7. Check va-
lidity of design for minimal inductance scenario

(18)

Lm_max =

Lm_ max 1
7 B 47T2fE_ maxCZ— max .

19)

If (19) does not hold, the initial specifications need to be
changed.

B. Input to Output Voltage Ratio
The peak voltage at the primary side is given by [8]

‘/pr_pk =7 ‘/in- (20)
According to the load voltage demands, calculate the trans-
former’s turns ratio by

_ Vout_rms

= v @21)

C. Transformer Design 1}

1) Resonant Current: The peak value of the resonant current
circulating in the tank (secondary side) is given by

Vpr_pk n

7 (22)

Iscc_pk =

where Z, = /L,,/Cs is the characteristic impedance of the
parallel LC resonant network at the secondary.

Since the resonant frequency is locked to the switching fre-
quency the resonant current, in present design, will be sinusoidal
with rms valueZec_rms, of 1/ V/2 the peak value.

The primary resonant current carries the input current and
therefore

P

2
Vian @9

Ipr_rms =

where 7) is the expected efficiency, 70%—-80% is a good starting
point.

IEEE TRANSACTIONS ON POWER ELECTRONICS, VOL. 21, NO. 4, JULY 2006

However, since a snubber capacitor (C) is placed across the
primary (Fig. 1), some of the resonant current will circulate in
the primary winding. Assuming that this current will be about
10% of the resonant current (is detailed in Appendix E), a better
estimation of I, ,; will be

P
Ipr_rms ~ V‘L’I] + O-IIsoc_rms~

(24)

2) Core Selection: Calculate the area product, Apdes,
needed for magnetic element to comply with design specifi-
cations [inductance value (Appendix A) and resonant current
(Appendix C.1)]

Ap,.. = AAy

> Lm_ max Isec_pk (%Ipr_rrns + Isec_rms)
- JKB hax
where A,, A, are the effective magnetic area and the window
area of selected core, respectively. J is the current density in
[A/ n12], K is the fill factor (constant smaller than 1) and B,.x
[Tesla] is the maximal flux density allowed. The factor 1.3 takes
into account the fact that the area product needs to be greater
than the normally calculated A, to ensure sufficient space for
the bias windings, a ratio of 1:1.3 is a good starting point (to be
verified in Appendix C.7).
3) Number of Turns and Wire Selection, Transformer Section:
Once the practical core is selected, calculate

Pdes

1.3 (25)

Lm_ max Isoc_pk

2
Bmax Ae ( 6)

Nsec =

Dividing (26) by (21) yields the number of turns of the
primary

nSCC
e = 75, 27)

For the secondary side calculate

1.
Awire_sec = T - 28
() e8)
For the primary side
-
Awire_pr = ( ! J ) . (29)

4) Air Gap, l;: The required permeability that will produce
the desired inductance L,,_max according to the selected core’s
characteristics is

leLm max
pp = Smemax (30)
nse(‘,ﬂ’er

where [, is the selected core’s magnetic length in [m] and g is
the permeability constant [1.26 10~° H/m).
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Fig. 16. Tap voltage (10 V/div) without snubbing capacitance (C'y) and no feed-forward network (R4, R15 Fig. 9). Horizontal scale 2 pis/div.

The desired air gap is given by the approximate equation

le
l, = —. 31
8= (31
Substituting (30) in (31) yields
n2  f1oA
l, = =l ¢ 32
& Lm_max ( )

5) Number of Turns and Wire Selection, Bias Section: From
the core manufacturer’s data, determine the Amper-turn needed
to saturate the core to its minimum value by

Tlbias * Ibias = Hmax : Le- (33)

It should be noticed that the copper losses of the bias winding
Phias are independent of npiag

(Hmax ° le)2p£
Awb

where H . is the maximal magnetic flux of selected core ma-
terial in [A/m] obtained from manufacturer’s data, A, is the
bias window area in [m?], p is the specific resistance of the wire
material and / is the average wire length of one turn.

Equation (34) implies that for a given bias window area, Ay,
the copper losses can be considered constants. If lower bias wire
losses are required one has to increase A,,.

Select the number of turns, taking into account that fewer
turns of the bias winding will cause a high bias current to satu-
rate the core, increasing the conduction losses of the buck type
bias driver. On the other hand, when applying many turns, in-
sulation between layers of turns is essential to handle the high
voltage induced.

Once the number of turns is selected, the wire area needed
can be calculated by

Phias = (34)

Mbias Ibias rms
Awire hias — - 35
i ( Kodo, ) (35)

where K7 is the fill factor of the bias winding.

D. Input Inductance, L,

To comply with the demand of a current-source like input [8],
[11], the input impedance of L;, must be much larger than the
maximal resonant inductance reflected to the primary [8]

Lnl_ max
Lip >> ———. 36
2 (36)

In the case that the selected input inductance value does not
follow the current sourcing criterion of (36), then the calculation
of the resonant tank frequency must take into account the error
adjustment due to small input inductance [8] given by

1 Lm
- N . 37
b= oviooa V! v G7

E. Snubbing Capacitance, Cy

The capacitor C; is used in the proposed design (Ci2 in
Fig. 9) to reduce the parasitic oscillation that may follow
the commutation instance due to leakage inductance and the
switches’ parasitic capacitances at the primary side of the
CFPPRI (Fig. 16). Parasitic ringing will be observed if the
leakage inductance current is not zero (due to phase lag and
internal delays of the control circuitry) at the commutation
instance. When the switches commutates, C locks the leakage
inductance current reducing thereby the voltage spikes. How-
ever, placing a capacitor across the primary will cause some
of the resonant current to circulate in the primary, increasing
copper losses of the winding. A good compromise for Cj
selection will be to allow the primary current to carry about
10% of the resonant current

C 2
Cl ~ =N
10

An additional remedy to reduce the parasitic oscillations due
to the leakage inductance current is to make sure that the com-
mutation instance occurs when the primary current is close to
zero. This can be accomplished by applying a feed-forward path
connection to the zero detection (ZD) node of the SSC [13] (R4

(38)
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and R;5 in Fig. 9) which adjust the commutation time to coin-
cide with the time that the primary current passes through zero.
The resulting improvement can be observed in the experimental
waveforms of Fig. 10 which was compared to Fig. 16 where
neither snubbing capacitance C nor feed-forward path were
applied.

FE. Power Switches Stresses

1) Voltage: The transistors will absorb the highest voltage
when the resonant tank voltage at its peak value

VDS_max = Vpr_pk =TT ‘/in~ (39)

2) Current: Since the switching frequency is equal to the
resonant frequency, the high-rated resonant current is locked in
the tank and does not pass thru the switches. Assuming that the
input inductance is sufficiently large (Appendix D), the switches
current stress will be

P
= . 40
@ ,r]Vin ( )
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